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Abstract
High bandwidth sensors are required to measure the wide-bandgap devices’ transient
behavior because of their very fast switching speed. In addition to high bandwidth, the current
sensor must introduce little disturbance to the switching power loop. Specifically, excessive
parasitic inductance introduced by the current sensor drastically changes the switching
behavior, making the measurement result invalid.
Conventional high bandwidth current sensors are first reviewed to understand their
limitations. By combining the structure of coaxial shunt resistor and alumina substrate
of surface mount thin film resistors, a novel current sensor surface mount coaxial shunt
resistor (SMDCSR) is introduced. Its performance is then modeled and experimentally
characterized. Experimental testing verifies its capability of achieving very high bandwidth of
up to 2 GHz while introducing little parasitic inductance of less than 0.2 nH. Compared with
state-of-the-art commercial products, SMDCSR achieves more than 10x higher bandwidth
and less than 1/10 insertion inductance. SMDCSRs are thus ideal for current measurement
where high bandwidth and low electrical footprint are required, especially for wide-bandgap
devices’ dynamic characterization.
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Chapter 1
Introduction
Wide-bandgap semiconductors are capable of revolutionizing power electronics converters,
making them more compact and more efficient. Their dynamic behavior, however, requires
thorough understanding before they can be widely adopted. The switching characteristics
of the most common FET-type wide-bandgap devices are introduced here. Their dynamic
current sensing requirements are then derived.

1.1

Wide-bandgap Semiconductors

Semiconductor switches are the foundation of power electronics converters. Wide-bandgap
materials, especially silicon carbide (SiC) and gallium nitride (GaN), exhibit superior physical
properties compared to silicon, making them extremely appealing for power electronics
applications [1]. The relevant properties for power electronics applications are shown in Fig. 1.1.
The higher breakdown field allows higher voltage operation, higher electron velocity means
faster switching speed, and higher thermal conductivity translates into better thermal
performance and higher temperature operation.
Several types of wide-bandgap active switching devices have been demonstrated or are
commercially available, including junction field-effect transistor (JFET) [2], metal-oxidesemiconductor field-effect transistor (MOSFET) [3], bipolar-junction-transistor (BJT) [4],
insulated-gate bipolar transistor (IGBT) [5], high-electron-mobility transistor (HEMT) or
heterojunction field-effect transistor (HFET) [6] and gate injection transistor (GIT) [7]. The
1

Figure 1.1: Wide-bandgap semiconductor materials properties.
most common wide-bandgap active switching devices are probably the SiC MOSFETs and
GaN HEMTs, because of their safer normally-off behavior and easy-to-use voltage gate driving
nature.
Promising as they are, their wider adoption requires crucial semiconductor device information, including both the static and dynamic characteristics. While the static characteristics
can be relatively easily obtained on a curve tracer, the dynamic characteristics require
dedicated experimental setups like the double pulse tester [8]. The general setup circuit
schematic is shown in Fig. 1.2. Example waveforms of the gate-source voltage vgs and the
drain-source current ids are shown in Fig. 1.3. The lower device is first turned on to charge the
load inductor to the desired load current value IL , and then turned off to obtain its turn-off
characteristics at t = t0 . After that it is turned on again to obtain its turn-on characteristics
at t = t1 . Finally, the device is turned off at t = t2 so that the load current in the inductor
slowly damps to zero while freewheeling in the upper device. The double pulse tester is a
simple and effective tool to emulate the hard switching conditions for actual power electronics
converters. Critical switching information, including the switching time and switching energy
loss, can be obtained in the double pulse. These information help guide the power electronics
converter designs, such as device switching loss calculation, voltage rating selection, etc. The
2

Figure 1.2: Double pulse test setup circuit schematic.
obtained switching waveforms also facilitate the broader spectrum of understanding and
modeling of the devices’ transient behavior.
The voltage and current ratings of the SiC MOSFETs and GaN HEMTs from several
major manufacturers are shown in Fig. 1.4. The devices rated at around hundreds of to more
than 1 kV and tens to hundreds of amps (highlighted in red) are more likely to be used in
hard switching applications, where double pulse test is more relevant. And thus they will be
the focus of this thesis.
The dynamic characterization requires at least three waveforms: the gate-source voltage
vgs , the drain-source voltage vds , and the drain-to-source current ids . While the voltage
waveforms are relatively easy to measure with commercial off-the-shelf voltage probes, the
current measurement is more difficult. To understand the reasons, the dynamic behavior,
especially the current waveform behavior, is analyzed here to reveal the wide-bandgap devices’
requirements for the switching transient current measurement.

1.2

Wide-bandgap Device Dynamic Current Behavior

Wide-bandgap devices are well-known for their much faster switching speed. The switching
transient current waveform in normal hard switching transient can be roughly divided into
two stages, namely the di/dt stage and the subsequent oscillation stage, as shown in Fig. 1.5.
In the turn-on case, the current waveform first rises from zero to the load current IL and
then starts resonating before finally damping to the load current. Similarly, in the turn-off
3

Figure 1.3: Double pulse test example waveforms.

Figure 1.4: Wide-bandgap commercial devices survey.
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Figure 1.5: Wide-bandgap semiconductor switching turn-on transient waveforms.
case, the current waveform first falls from the load current to zero and then resonates around
and settles at zero. The switching transient is analyzed during different stages below to
understand the transient current characteristics.

1.2.1

Turn-on Transient: di/dt Stage

Without loss of generality, it is assumed here that the device has a MOSFET or MOSFETlike switching behavior. The gate is driven by a voltage-source gate driver with off-state
voltage 0 V and on-state voltage Vg . The equivalent circuit of the switching transient is shown
in Fig. 1.6. The gate loop inductance Lg and common source inductance Ls are neglected
here to simplify the analysis.
The lower switch device is represented by its parasitic capacitances and a controlled
current source. The device channel can be regarded as a controlled current source when the
MOSFET is in the saturation region.

ich = gm · (vgs − Vth ).

(1.1)

The upper device is represented as a diode with its junction capacitance Cj . Note the
diode representation is technically not true for GaN HFETs since they do not have the same
5

Figure 1.6: Switching transient equivalent circuit.
parasitic diode as MOSFETs, but is still used because their reverse conduction behavior is
similar to a diode.
The current rising or di/dt stage in the turn-on transient starts when the device gate
source voltage Vgs is charged beyond the threshold voltage Vth . The circuit then can be
described with the following equations,
VG = Rg ig + vgs ,
dvgs
dvgd
+ Cgd
,
dt
dt
dids
Vdc + Vf = Lp
+ vds ,
dt
dvds
dvgd
− Cgd
,
ids = ich + Cds
dt
dt
ig = Cgs

(1.2)

where Vf is the diode’s forward voltage drop. Typically, Vf  Vdc so it can be ignored.
If we assume

d
v
dt gd

=

d
(v
dt gs

− vds ) ≈ − dtd vds , (1.2) can be simplified to

gm (VG − Vth ) =Rg Cgs (Cgd + Cds )Lp

d3 ids
dt3

+ (Rg Cgd gm + Cgd + Cds )Lp
+ Rg Cgs

d2 ids
dt2

(1.3)

dids
+ ids .
dt

Note (1.3) is a third-order differential equation and a closed-form solution would be too
6

complex to analyze. Instead, numerical examples are solved here to understand the rise time
characteristics for different switching devices. Solving (1.3) requires at least three initial
conditions and they are listed below,
ids (t = 0) = 0,
dids
Vdc − vds (t = 0)
(t = 0) =
= 0,
dt
Lp
dvds
1
(t = 0) =
(ids − ich ) = 0,
dt
Cds
d2 ids
dvds 1
·
= 0.
(t = 0) = −
2
dt
dt Lp

(1.4)

The end condition for this stage is the device current reaches the load current,

ids = IL .

(1.5)

Afterwards, the diode starts blocking and the circuit enters the next transient stage.
To understand the impact of device current rating and device material technology, five
semiconductor devices with different ratings and different materials are examined here and are
listed in Table 1.1. Some typical values are used for the power loop inductance Lp . Typically
GaN HFETs can achieve smaller power loop inductance given their near bare-die package
and small footprint. The last row lists the rise time when the device current reaches the
rated current. Because of the nonlinearity of the parasitic capacitances, and the values of
gate-drain capacitance Cgd and drain-source capacitance Cds are their lowest values, the
estimation drastically underestimates the rise time. The external gate resistance is assumed
to be 0 so Rg = Rg(int) , which further underestimates the rise time.
From the comparison between same material but different current ratings devices, such as
C3M0065090D and C3M0030090K, it is found that lower current rating devices usually switch
faster. Large current power modules such as CAS300M12BM2 are even slower than these
tens of amps devices. The rise times of these SiC devices are roughly proportional to their
current ratings. Similar trend can be observed with GaN HFETs as well, where GS66506T
has a faster rise time than GS66508T. In terms of different semiconductor materials, given
similar current rating, the estimation shows that GaN devices usually switch much faster

7

Table 1.1: Example semiconductor switching devices
Part No.
Voltage (V)
Current (A)
Material
gm (S)
VG (V)
Vth (V)
Rg(int) (Ω)
Cgs (pF)
Cgd (pF)
Cds (pF)
Lp (nH)
tr (ns)

C3M0065090D
900
36
SiC
16
15
2.1
3.5
760
5
66
20
1.95

C3M0030090K
900
63
SiC
22
15
2.4
3
1747
8
131
20
3.60

GS66506T
650
22.5
GaN
16.7
6
1.3
1.1
195
1.5
49
3
0.45

GS66508T
650
30
GaN
24
6
1.7
1.1
260
2
65
3
0.60

CAS300M12BM2
1200
300
SiC
156
20
2.5
3.0
19300
120
2570
15
18.10

than SiC devices.
Note although there is no Vdc in (1.3), the parasitic capacitances Cgd and Cds are voltagedependent so the rise time is also Vdc dependent. Although there is also no IL in (1.3), IL
determines the end point of this switching transient stage. For lower current switching, the
rise time will be shorter since this stage ends earlier.
Also note that the goal of the analysis and comparison here is to show the qualitative rise
time characteristics of wide-bandgap semiconductor devices rather than accurately predict
the rise time. More accurate estimation of the rise time requires much more detailed switching
device model. However, the comparison clearly shows that lower current rating GaN HFETs
have the fastest rising edge.

1.2.2

Turn-on Transient: Oscillation Stage

When the load device current ids reaches the load current IL , the current in the diode
falls to zero, and starts blocking. If the lower device is already in linear region and its
on-state resistance Rds(on) is small, the circuit shown in Fig. 1.6 simply becomes a passive LC
resonance between the power loop inductance Lp and the diode’s junction capacitance Cj .
However, if the lower device is still in saturation region and therefore its equivalent resistance
is relatively large, the circuit can be still simplified as a LC resonance but with the lower
device as a damping resistor. In either case, the equivalent circuit is shown in Fig. 1.7. The
8

Figure 1.7: Turn-on transient oscillation stage equivalent circuit.
natural oscillation frequency of the circuit is given by,

fosc =

1.2.3

1
p
.
2π Lp Cj

(1.6)

Turn-off Transient: di/dt Stage

At the beginning of the turn-off transient, the lower device is conducting the load current
IL and the upper device is blocking the dc link voltage Vdc . As the gate driving voltage drops
from the on-state Vg to the Miller voltage Vth +

IL
,
gm

the lower device enters saturation region

and the circuit can be described with the following equations.
0 = Rg ig + vgs ,
dvgs
dvgd
+ Cgd
,
dt
dt
dids
Vdc = Lp
+ vka + vds ,
dt
dvds
dvgd
ids = ich + Cds
− Cgd
,
dt
dt
dvka
ids = IL + Cj
,
dt
ig = Cgs

(1.7)

where vka is the cathode-anode voltage across the diode. The diode starts conducting after

9

Figure 1.8: Turn-off transient oscillation stage equivalent circuit.
vka < −Vf . When the diode stars conducting, the circuit can be described similarly as (1.4),
0 = Rg ig + vgs ,
dvgs
dvgd
+ Cgd
,
dt
dt
dids
Vdc + Vf = Lp
+ vds ,
dt
dvds
dvgd
ids = ich + Cds
− Cgd
.
dt
dt
ig = Cgs

(1.8)

Unlike the case in turn-on transient, (1.7) is difficult to simplify. Since (1.7) provides the
initial conditions for (1.8), (1.8) is difficult to analyze as well. Simulations therefore will be
performed later to understand the behavior numerically.

1.2.4

Turn-off Transient: Oscillation

After the drain-source current ids drops to zero, the turn-off equivalent circuit is reduced
to a simple LC resonance circuit between the power loop inductance Lp and the lower device
drain-source capacitance Cds . The equivalent circuit is shown in Fig. 1.8. The oscillation
frequency of the circuit is therefore given by,

fosc =

1
p
.
2π Lp Cds

10

(1.9)

Figure 1.9: GS66508T switching transient simulation schematic.

1.2.5

Simulation and Comparison

The turn-on and turn-off switching transients are analyzed in this section, especially in
terms of their switching transient current behavior. The measurement bandwidth requirement
from the oscillation stage is easy since the frequency is determined by simple LC resonant
circuits. During the di/dt stages, the exact rising and falling edge time is difficult to solve
accurately. From the numerical examples in the turn-on transient, it is highly likely that
the GaN HFETs with lower current rating require the highest measurement bandwidth. In
order to understand their characteristics in a more quantitative way, switching transients of
GS66508T are simulated, and its dynamic current waveform is used to further understand the
measurement requirement numerically. The circuit schematic in LTSpice is shown in Fig. 1.9
with the device manufacturer provided model. The simulated turn-on and turn-off waveforms
are shown in Fig. 1.10.
A relatively small gate resistance value of 2.2 Ω is used to obtain the waveforms when the
device is switched reasonably fast. The power loop inductance is 3.3 nH, which is reasonable
for these GaN devices. When the load current is 30 A, the rise time tr in the turn-on transient
for ids to increase from 0 to IL is around 1.8 ns, while the fall time tf in the turn-off transient
11

(a) Turn-on

(b) Turn-off

Figure 1.10: GS66508T simulated switching transient waveforms at 400 V dc link voltage
and 30 A load current.
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for ids to decrease from IL to 0 is 7.3 ns. The simulated rise time is much slower than that
shown in Table 1.1, which should not be a surprise since the values in Table 1.1 are calculated
with drastically smaller parasitic components.
The fall time tf is usually larger than the rise tr time because of the current flowing in
the drain-source capacitance Cds [9]. When the device is being turned off and its drain-source
voltage vds is increasing, the current in Cds also flows from drain to source. Although the
device channel current ich may be shut off by the gate driver, the rising vds means ids could
still flow through Cds . This is the opposite in the turn-on case. Therefore, given the same
switching conditions, the turn-off current fall time tf is usually longer than the turn-on
current rise time tr . Therefore, typically,

tr < tf .

1.3
1.3.1

(1.10)

Dynamic Current Measurement Requirement
Bandwidth Requirement

There is no doubt that the current sensor requirements differ tremendously for different
hardware setups, in terms of their device current ratings, gate drive speed, parasitic inductances, etc. The bandwidth requirement comes from the both the rising or falling edge as
well as the oscillation afterwards. The current sensor bandwidth should be much larger than
both of them to ensure valid measurement result.

fbw > max (fedge , fosc )

(1.11)

The frequency content of a rising edge is given by [10],

f=

0.35
.
tr
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(1.12)

Therefore, the bandwidth requirement for the current sensor is given as,

fbw > max (

0.35 0.35
1
1
,
, p
, p
).
tr
tf 2π Lp Cj 2π Lp Cds

(1.13)

Because of (1.11) and if the upper and lower devices are the same device Cj = Cds , the
above can be further simplified as,

fbw > max (

0.35
1
).
, p
tr 2π Lp Cds

(1.14)

The parameters tr , Lp and Cds vary significantly for different devices. As an example,
parameters of the previous simulation are used here. The rise time requires fbw >
190 MHz, and the oscillation requires fbw >

1
√
2π 3.3 nH×65 pF

0.35
1.8 ns

=

= 344 MHz. Therefore, the

current sensor for GS66508T should be no less than 344 MHz, preferably even higher than
500 MHz to leave enough headroom. This is because with ±3 dB bandwidth definition, the
signal content right at the bandwidth limit can be attenuated to 70.7% or amplified to 140.1%
of the original.
Notice the estimation here actually uses the rise time tr at the rated current condition.
It is likely that at lower load current, the rise time tr is shorter and therefore requires even
higher measurement bandwidth. However, when the load current is too low, the rise edge
might blend in with the oscillation stage. That is, instead of having a clear boundary between
the di/dt and oscillation stage like shown in Fig. 1.10, the actual waveform might rise from
0 continuously to the oscillation peak, as shown in Fig. 1.11. The load current in this case
is only 5 A. The drain-source current ids rise edge increases from 0 to the peak current of
around 30 A instead of only the load current 5 A. In fact, the rise time is 2.3 ns, even longer
than the previous 1.8 ns when the load current is 30 A.
In some cases, although fosc > fedge , it is possible that the power loop inductance Lp is
small enough that there is not much oscillation in the current waveform at all. In the extreme
case where Lp is near zero, the oscillation frequency will be extremely high. But there will
also be minimal oscillation in the current waveform, which means the frequency spectrum in
the overall waveform includes very little oscillation frequency.
Ideally, the bandwidth of the current sensor should be much higher than the requirement to
14

Figure 1.11: GS66508T simulated turn-on transient waveforms at 400 V dc link voltage and
5 A load current.
achieve highest possible measurement validity. However, this may be practically difficult. For
example, if requiring up to 10x bandwidth, the estimation here means 3.6 GHz measurement
bandwidth is needed, which is even higher than most oscilloscopes’ bandwidth. It is sometimes
difficult to leave a very large headroom for measurement bandwidth and to determine how
much headroom is enough.
Because of the previous difficulties, it is recommended to just use a bandwidth higher
than the oscillation frequency fosc as the requirement. The oscillation frequency fosc generally
can be readily calculated. The measurement validity should the be verified by analyzing
the waveforms’ frequency contents after the measurement. A method of validating the
measurement results with resistive sensors is presented later in Chapter 3.

1.3.2

Energy Rating Requirement

For resistive measurement methods, the sensor is usually mounted in series with the device
under test (DUT) and conducts the same current as the DUT. From Fig. 1.3, we can derive
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the total energy dissipated in the resistive current sensor,
Z
E=

t2

i2ds Rdt

0

Z

t0 +t2 −t1



=
0

2
Vdc
V 2R
RLIL3
· t Rdt = dc 2 · t3d =
,
L
3L
3Vdc

(1.15)

where td = t0 + t2 − t1 is the total on-state duration of the DUT. (1.15) shows that the
dissipated energy E increases with lower DC bus voltage Vdc , higher load current IL and
higher load inductance L.
These test conditions generally vary greatly with setup and DUT, especially in terms of
the load inductance L. However, we can further simplify (1.15) by applying a general rule of
thumb for load inductance in double pulse test [8],

L≥

Vdc
tsw .
ki IL

(1.16)

where ki is the percentage of the load current ripple during the switching transient and tsw
is the total switching event duration. Plugging it back into (1.15), we can have the energy
rating requirement for the resistive sensors,
RIL2 tsw
E≥
.
3ki

(1.17)

Furthermore, the selection of resistance R is usually so that it maximizes the oscilloscope’s
sensitivity range. Note, typically the resistive current sensor is directly connected to the
oscilloscope with a coaxial cable without any extra voltage probes. This is because any extra
measurement introduces higher undesirable measurement uncertainty. Given oscilloscopes’
typical maximum dynamic range when terminated at 50 Ω is 10 V and there should be some
margin left for the switching transient oscillations, we can estimate that,

RIL ≈ 5 V.

(1.18)

Therefore, the minimum energy rating can be estimated using only the maximum load
current IL .

E≥

(5 V)IL tsw
.
3ki
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(1.19)

The energy rating E for resistive sensors increases proportionally with the load current
IL , the switching transient duration tsw and is inversely proportional to the load current
ripple coefficient ki . Assume conservatively for wide-bandgap devices that tsw ≈ 300 ns and
ki ≈ 0.01, the thermal energy dissipated E for 30 A device is 1.5 mJ while for 300 A device
is 15 mJ.

1.3.3

Insertion Inductance Requirement

The power loop current ids has to pass through the extra current sensor to be measured
and therefore creating extra power loop area. The introduction of extra power loop area
invariably increases the total power loop inductance Lp . It is well-known that the power loop
inductance Lp significantly changes the switching transient behavior, especially the oscillation
magnitude [11]. Therefore, as a general rule of thumb, the insertion inductance Li introduced
by the current sensor should be much less than the total power loop inductance Lp without
the current sensor,

Li  Lp .

(1.20)

However, exact how small the insertion inductance should be is difficult to determine. The
power loop inductance Lp varies significantly for different devices and layouts. For example,
less than 3 nH power loop inductance can be readily achieved with GaN HFETs [12], [13],
and can be achieved with specially design SiC MOSFET power module [14]. However, the
power loop inductance with discrete TO packages is around 20 to 30 nH [8], [15]. Generally
speaking, smaller parasitic inductance enables faster switching speed. With faster switching
speed, extra parasitic inductance introduces even more distortion.
Again, the GS66508T is also used here as an example to give a quantitative relationship
between extra power loop inductance and measurement distortion. Simulations are used
here to investigate the exact requirement. In the simulation shown in Fig. 1.9, the power
loop inductance Lp is varied to evaluate its impact on switching performance. The simulated
waveforms are shown in Fig. 1.12. The power loop inductance is varied from 3.0 nH to 6.0
nH in 0.6 nH steps. The turn-on energy loss with different power loop inductance is listed
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Table 1.2: Turn-on energy loss with different power loop inductances
Lp (nH)
Increase
Eon (µJ)
Deviation

3.0
3.6
0%
20%
77.15 74.84
0% -2.99%

4.2
40%
72.70
-5.77%

4.8
60%
69.73
-9.62%

5.4
80%
66.93
-13.15%

6.0
100%
63.13
-18.17%

in Table 1.2. In this example case, 20% extra inductance can introduce about 3.0% turn-on
switching energy loss measurement deviation while 40% can introduce about 5.8%. The
turn-on energy loss Eon generally decrease with larger power loop inductance Lp . This is
because of the initial voltage drop in vds during turn-on transient is due to the power loop
inductance [12]. The voltage drop essentially reduces the overlapping area of vds · ids .
The power loop inductance sweeping waveforms for turn-off transients are shown in Fig. 1.13.
The turn-off transient waveforms do not show as significant difference as the turn-on transient,
except the change in oscillation frequency.
In conclusion, for turn-on energy loss measurement validity, it is therefore best that the
current sensor does not introduce more than 0.6 nH insertion inductance, or 20% of the
original power loop inductance.

1.4

Summary

There are two universal requirements for all current sensors when applied to measuring
wide-bandgap devices’ dynamic current: bandwidth and insertion inductance.
A general guideline for current sensor bandwidth is derived from the transient current
characteristics. In the range of wide-bandgap semiconductors typical for hard switching
applications, lower current rating GaN HFETs have the most demanding bandwidth requirement. This is because of their smaller parasitic capacitances and faster switching speed.
Because of the complex nature of switching transients, oscillation frequency is recommended
for determining required current sensor bandwidth. A typical bandwidth requirement is at
least 500 MHz for GaN HFETs.
The insertion inductance Li , which is introduced by the current sensor due to extra power
loop area, should at least be much smaller than the power loop inductance Lp without the
18

Figure 1.12: GS66508T simulated turn-on transient with varied power loop inductance.
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Figure 1.13: GS6650T simulated turn-off transient with varied power loop inductance.
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current sensor to avoid switching transient interference. A numerical example here shows it
shouldn’t be no more than 20% of the original power loop inductance Lp to guarantee a valid
turn-on energy loss measurement.
For resistive sensors, there is another energy rating requirement. The energy rating
determines how much thermal energy can be dissipated in the resistive sensor during the
measurement. This requirement is derived based on a typical double pulse test and the
maximum dissipated energy E of 30 A devices in normal conditions is only around 1.5 mJ.
The energy rating is proportional to the maximum load current and can be easily scaled.
As an example, the measurement requirements for GS66508T GaN HFET are listed
in Table 1.3. The numbers listed here should provide a good reference point for other devices.
Table 1.3: Current sensor requirements for GS66508T dynamic characterization
Bandwidth (MHz)
≥ 500

Energy Rating (mJ)
≥ 1.5

20

Insertion Inductance (nH)
≤ 0.6

Chapter 2
High Bandwidth Current Sensor
Review and Analysis
Commercial state-of-the-art high bandwidth current sensors and existing current measurement solutions in the literature are surveyed and reviewed to understand the gap between
the existing sensing solutions and the requirements of wide-bandgap dynamic characterization. Potential approaches for improvement are also hinted based on the analysis of several
promising sensing techniques.

2.1

Resistive Sensing Approach

Current sensing invariably involves converting the current signal to voltage signal for the
oscilloscope or other test equipment. The easiest and most direct way to do so is making the
current flow through a resistor. Ideally the voltage across the resistor will be proportional
to the current based on Ohm’s law V = R · I. However, in practice, resistors must take
certain physical space and the current flow through it will generate magnetic field around it,
and equivalently a parasitic inductor is introduced in series with the resistor. This inductor,
inserted inside the switching power loop, is denoted as Li . The voltage across the resistor
is passed to either the oscilloscope or other signal processing circuitry through a pair of
conductors or a transmission line, and therefore making the sensing resistor a two terminal
device. The impedance of sensing wires connected with the test equipment is denoted as Zl .
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Figure 2.1: Resistive measurement equivalent circuit.
Since it is essentially in parallel with the resistance, it must exhibit much higher impedance
than the resistor to avoid any interference and draw too much power from the measured circuit.
Typically, the measurement instrument is an oscilloscope with a termination impedance of
Zl = 50 Ω. A transmission line with a matching impedance of 50 Ω is usually used for the
connection to avoid any wave reflection.
Considering the magnetic field distribution around the resistor, if sensing wires enclose
part of it, the voltage picked up and sent to the test equipment includes part of the inductive
voltage drop as well. The equivalent inductance is the mutual inductance between the power
switching loop and the measurement loop and is denoted as Lm . The equivalent circuit for
a general resistive sensing approach and is shown in Fig. 2.1. Note the capacitive parasitic
elements are not included in the model here because they are typically negligible compared
to the resistive element R.
Assuming |R + jωLm |  |Zl |, it is obvious that the transfer function of the measured
current to the voltage across the oscilloscope is

Gvi =

V
= R + jωLm .
I

(2.1)

The parasitic inductance that is only in the power loop Li − Lm is in series with the
measured current and therefore does not show up in the transfer function. Note that in the
frequency domain, the magnitude of Gvi is increasing at +20 dB/decade at higher frequency
because of the mutual inductance Lm . The bandwidth or the corner frequency (+3 dB point)
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is given by

fbw =

2.1.1

R
.
2πLm

(2.2)

Coaxial Shunt Resistor Bandwidth

From (2.2), the most effective way to increase the measurement bandwidth is to reduce the
mutual inductance Lm . The concept of coaxial shunt resistors is fairly old and first reported
in literature in 1942 [16]. It exploits the coaxial structure to minimize the mutual inductance
Lm . The coaxial shunt resistor essentially consists of two shells. The inner shell is made of
some type of resistive material which can be Manganin, and the outer shell is made of a
high conductivity material such as copper. The structure of a typical coaxial shunt resistor
is shown in Fig. 2.2. The current flows into the inner shell to the top, through a copper
interconnect to the outer shell and then back to the measured circuit through the outer shell.
Coaxial shunt resistors leverage its unique flux canceling distribution, as shown in Fig. 2.3.
There is a flux-free region inside the inner conductor and ideally zero flux coupling can be
achieved by placing the pick-up wires here. So ideally the coaxial shunt resistor will not have
any coupling inductance, or Lm = 0.
The resistance of the coaxial shunt resistor is given by,

R=

ρL
ρL
≈
.
π(b2 − a2 )
2πaδ

(2.3)

where L is the length of the conductor, a is the inner diameter of the inner shell, b is the
outer diameter of the inner shell, ρ is the resistivity of the resistive material and δ = b − a is
the thickness of the resistive material.
With Lm = 0, coaxial shunt resistors seemingly have infinite bandwidth. However, as the
frequency increases, ac resistance due to skin effect inevitable comes into play. The frequency
at which the skin depth is the same as the material thickness is given by,

fs =

ρ
,
πµ0 µr δ 2

(2.4)

where µr is the relative permeability of the resistive material. The ac resistance beyond the
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Figure 2.2: Physical structure of a coaxial shunt resistor: (a) side view; (b) cross-sectional
view.

Figure 2.3: Magnetic flux distribution in a coaxial shunt resistor.
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frequency is given by,

Rac

L
=
·
πb

r

ωµ0 µr ρ
.
2

(2.5)

Compared to the +20 dB/decade increase rate by the coupling inductance Lm , the ac
resistance due to the skin effect increases at +10 dB/decade.
Skin effect can be avoided beyond 1 GHz or even higher with thin enough resistive
materials. For example, with Manganin as the resistive material, the skin depth at 2 GHz is
around 7.3 µm. In other words, the resistive material thickness of determines their bandwidth.
Unlike the typical coupling inductance induced +3 dB bandwidth definition, (2.4) is typically
used to represent the coaxial shunt resistor’s bandwidth, partly because the bandwidth can
be made very high [16].

2.1.2

Coaxial Shunt Resistor Parasitic Inductance

In addition to the bandwidth, the parasitic inductance Li is the other important parameter
for wide-bandgap device dynamic characterization. The parasitic inductance Li is in series
with the switching devices and large parasitic inductance value can drastically change their
switching behavior. If the resistive material is thin enough that the magnetic flux distribution
inside it can be neglected, the parasitic inductance of the coaxial shunt resistor Li can be
written as

Li =

µ0 L
a0
ln( ).
2π
b

(2.6)

It appears that the inductance can be made infinitely small by having infinitely small gap
(a0 − b) → 0. However, as the gap between the outer copper shell and the inner Manganin
shell shrinks, the parasitic capacitance increases. Assuming the gap between the Manganin
shell and copper shell is filled with air, the parasitic capacitance Cr is given by,

Cr =

2π0 L
0 .
ln( ab )

(2.7)

If the gap (a0 − b) is too small, the parasitic capacitance Cr is effectively in parallel with
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the resistance R and the transfer response becomes capacitive and the gain is attenuated
at higher frequencies. Therefore, the gap (a0 − b) must be finitely large. In practice, the
corner frequency determined by the RCr circuit must be much higher than the bandwidth
determined by the skin effect fs ,
1
 fs .
2πRCr

(2.8)

a0  b · exp(0 LRfs ).

(2.9)

Rewriting it, we have

Note, though, manufacturability and insulation are other concerns besides the parasitic
capacitance. The above equation only partially determines the outer copper shell size.
Looking at (2.6), another opportunity of shrinking the parasitic inductance Li is having
shorter length L. Given a fixed bandwidth which means fixed material thickness (b − a),
the resistance equation (2.3) tells us that the diameter of the inner resistive shell a should
decrease proportionally with L to keep the resistance the same. Them decreasing together
means the mass m of the resistive material is decreasing as well.

m = πρm L(b2 − a2 ) ≈ 2πρm Laδ,

(2.10)

where ρm is the density of the resistive material. In a pulse current measurement application,
assuming all the energy in the resistive material ends up heating it up instead of being
conducted elsewhere, the transient temperature rise inside the resistive material is given by,

∆T =

E
,
cm

(2.11)

where E is the thermal energy dissipated in the coaxial shunt resistor and c is the thermal
mass capacity of the material.
The transient temperature rise ∆T must be kept in a reasonable range to avoid measurement inaccuracy or material and structural damage. For example, Manganin material has

°

°

a maximum application temperature in air of 140 C and therefore typically ∆T ≤ 100 C.
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This means the mass or the volume of the inner resistive shell cannot be too small.
From the analysis above, it is evident that there is a direct relationship between the
parasitic inductance Li and the dissipated thermal energy E, resistance R and bandwidth fs .
Rewrite the coaxial structure length L as
s
L=

ER
.
cρm ρ∆T

(2.12)

In (2.9), if assuming a ratio of k  10 for the inequality to hold and plug it back into (2.6),
a direct relationship between the parasitic inductance Li and the coaxial shunt resistor’s
ratings can be obtained,

Li =

2.1.3

2πkµ0 0 R2 fs E
.
cρm ρ∆T

(2.13)

Opportunities for Reducing Parasitic Inductance

From (2.13), given a resistive material such as Manganin, the parasitic inductance Li is
only related to its resistance R, bandwidth ωs and energy E. As an example, a commercial
coaxial shunt resistor SSDN-414-10 from T&M Research has the following ratings: R = 0.1 Ω,
fs = 2 GHz and E = 1.0 J [17]. Previous work has shown that it has a parasitic inductance
of around 2.2 nH [9]. This means for the commercial coaxial shunt resistor k ≈ 233. However,
from Chapter 1, in a typical double pulse test of a 650 V/30 A GaN HFET, the energy
dissipated in the resistor is only 1.5 mJ. This therefore offers a great opportunity of greatly
reducing the parasitic inductance. Assuming the energy rating is reduced to 20 mJ, using
the same k, we can calculate the insertion inductance can be reduced to 44 pH. However,
the designed coaxial shunt resistor will have a length L = 3.7 mm and an inner diameter
a = 0.338 mm. The assembly of such a tiny structure might be a challenge.
Another opportunity of reducing the coaxial shunt resistor’s parasitic inductance is using
other resistive materials instead of Manganin. From (2.13), higher specific heat capacity c,
higher density ρm , higher resistivity ρ and higher allowable temperature rise ∆T all leads
to smaller inductance Li . Nichrome is a typical material used in thin film resistors and the
material properties of Nichrome and Manganin are listed in Table 2.1. Most notable difference
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Table 2.1: Nichrome and Manganin material properties
Name
Manganin
Nichrome

Specific heat
(J/kg · K)
410
450

Density
(kg/m3 )
8400
8400

°

Resistivity Max. temp.
(Ω · m)
( C)
−7
4.3 × 10
+140
8.4 × 10−7
+1070

Thermal drift
(10−6 /K)
±10
+112

Figure 2.4: Surface mount resistor internal structure.
between the two materials is that Nichrome has a higher resistivity, a much higher working
temperature but a lot worse resistivity thermal drift. The higher resistivity thermal drift
means when the temperature changes, the resistance of the coaxial shunt resistor changes
more than that with Manganin, resulting in a higher measurement uncertainty. Therefore,
although Nichrome can tolerate much higher working temperature, the temperature rise still
must be kept low for measurement uncertainty. For example, if the desired measurement
uncertainty is less than 1%, the maximum allowed temperature rise should be no more than
1%
112×10−6

°

= 89.3 C. If substituting the Manganin material with Nichrome, from (2.13), with

the same rating as the commercial coaxial shunt resistor and parameter k, the parasitic
inductance can be reduced to 1.15 nH.

2.1.4

Surface Mount Resistors

Surface mount resistors, or more specifically thin film resistors, utilizes the thin film
technology and deposits a thin layer of resistive material on a ceramic substrate material,
usually alumina. The typical structure of a surface mount resistor is shown in Fig. 2.4 [18].
The alumina substrate effectively helps dissipate the heat inside the resistive material and
therefore alleviate the relatively high resistivity thermal drift problem for Nichrome.
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However, surface mount components are usually meant to be soldered on a flat PCB
and therefore it is usually difficult to achieve flux cancellation like the coaxial shunt resistor. Attempts have been made to minimize the coupling between the power loop and the
measurement loop. An effective approach is having a few of the resistors in parallel and
connecting the sensing wire in the center region where the flux density is the weakest [13],
[19]. However, the reported measurement bandwidth is lower than 200 MHz in [13] where the
resistance is 0.1 Ω. In fact, 38% error in the transient current measurement error is reported.
This approach is further improved by separating the paralleled resistors into two halves and
leaving a gap in the middle, creating a even weaker magnetic field region in the middle [20].
This approach achieves more than 500 MHz bandwidth but at the sake of increasing the
resistance to 1 Ω, which presents a relatively large amount of damping into the switching loop
and requires extra voltage probe for attenuation. [21] experimented with placing the surface
mount resistors either in a radial or coaxial configuration but fail to differentiate the insertion
inductance and the coupling inductance. The components used are also relatively bulky,
resulting in a large distortion in the measured current waveform. More importantly, these
previous works did not discuss the transient thermal impact or provide the measurement
bandwidth directly. Without the bandwidth and measurement uncertainty information, the
measurement validity is uncertain.

2.2

Current Transformers

Current transformers utilizes the magnetic core material to convert the current signal
to a voltage signal. The simplified schematic of a current transformer is shown in Fig. 2.5.
Neglecting the magnetizing inductance Lm , the transfer function of the current transformer
is given by
V
N1
=
RL .
I
N2
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(2.14)

Figure 2.5: Current transformer simplified schematic.

Figure 2.6: Pearson 7713-03 current transformer.
The magnetizing inductance Lm can be written as

Lm =

µ0 µr Ae N12
.
lm

(2.15)

where µr is the magnetic core material relative permeability, Ae is the core cross-sectional
area and lm is the flux path length inside the core.
Current transformers cannot measure dc current because the induced voltage or current on
the secondary side requires alternating magnetic flux. Note that if the secondary side is open,
the current transformer could induce a very large voltage at the output terminal. Therefore,
current transformers are usually terminated with a 50 Ω resistor to avoid overvoltage damage.
The 50 Ω value is used because the oscilloscope usually can be terminated either as open or
50 Ω. Having a 50 Ω output resistor makes the sensitivity calculation easier, whether the
oscilloscope is terminated at 50 Ω or not.
Typically, only a single wire is run through the current transformer to minimize the extra
power loop area. Therefore, the primary side number of turns N1 = 1.
The state-of-the-art commercial product with the highest bandwidth comes is the Pearson
7713-03, which has a bandwidth of 1 KHz to 250 MHz. A picture of it is shown in Fig. 2.6.
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Although the bandwidth may be sufficient for measuring some wide-bandgap devices, the
more serious problem is the insertion inductance. The Pearson 7713-03 has a cross-sectional
area of 60 mm2 . The inductance of a square loop can be estimated by

Li ≈

2µ0 W
W
(ln
− 0.77),
π
a

(2.16)

where W is the width of the square and a is the conductor diameter of each side. Given
Pearson 7713-03’s cross-sectional area, we can approximate the inductance by estimating the
inductance from a square loop. Assume AWG#12 wire as the current-carrying conductor, the
insertion inductance of this extra loop is around 3.62 nH, which is too large for wide-bandgap
devices characterization.
The reason behind this large cross-sectional area is to avoid magnetic core saturation
and retain measurement accuracy. In a double pulse test, the measured current is almost
always increasing uni-directional unless during switching transients and the turn-off stage
between t1 and t2 . If the net volt-sec applied on the magnetizing inductance Lm is too large,
the core will gradually saturate and the magnetizing inductance Lm will draw significant
amount of current. The flux density inside the core is given by, after reflecting the secondary
side voltage back to the primary,
1
B(t) =
N1 Ae

Z 

N1
N2

2

N1 RL
iRL dt =
Ae N22

Z


idt .

(2.17)

For the duration of current measurement, the current flowing in the magnetizing inductance
im should negligible compared to the primary side current i. The ratio of magnetizing current
im over the primary side current i is,

im
=
i

N1
N2

ωLm +

2


RL
2

N1
N2

 1.

(2.18)

RL

Therefore, for accurate measurement,

ωLm 

N1
N2
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2
RL .

(2.19)

When the core saturates, µr drops to 1 and therefore Lm significantly decreases. Therefore,
the following is required for current transformers.

B(t)  Bsat .

(2.20)

During the double pulse test, the drain-source current ids is almost always increasing
linearly except during the switching transient. Considering the switching transients take very
little portion of the total test duration,

Ae ≥

ksat N1 IL RL td
.
2N22 Bsat

(2.21)

where td = t0 + t2 − t1 is total current conducting time during the double pulse test and
ksat =

Bsat
max (B(t))

 1 is the saturation coefficient. Similar to the energy rating calculation for

resistive measurement in Chapter 1, we can simplify it with some reasonable assumptions.
The voltage output at the secondary side should be maximize the oscilloscope’s dynamic
sensitivity when tested at the maximum load current,
N1
IL RL ≈ 5 V.
N2

(2.22)

The total current conduction time td can be rewritten as,
LIL
tsw
≥
.
Vdc
ki

(2.23)

(25 V2 )ksat tsw
.
2ki IL RL Bsat

(2.24)

td =
Therefore, if N1 = 1,

Ae ≥

For nanocrystalline cores, the saturation flux density is usually around 1.0 T [22]. Plug in
the current rating 5 A of Pearson 7713-03 and ksat = 10 into (2.24), we have Ae ≥ 30.0 mm2 .
This is very close to the actual cross sectional area of Pearson 7713-03. This means the
current transformer’s insertion inductance is fundamentally limited by the magnetic core
material saturation.
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Figure 2.7: Rogowski coil structure.

2.3

Rogowski Coils

Rogowski coils are a very common type of current sensors in power electronics applications.
The concept of Rogowski coils is inducing a voltage by having coils around a alternating
current [23], as shown in Fig. 2.7. There is a return turn in the center of the Rogowski coil.
This is because without the center turn, the whole Rogowski coil then acts as a single turn
Rogowski coil when there is magnetic field perpendicular to the coil plane. The center turn
effectively cancels out this one-turn Rogowski coil.
The lumped element model for a Rogowski coil is shown in Fig. 2.8. The Rogowski
coil is represented by a mutual inductance M , coil resistance Rc , coil inductance Lc and
coil capacitance Cc . The output loading impedance is represented as a load resistance RL .
Assuming the diameter of the wire is much smaller than the coil diameter and the each turn
is circular, these parameters can be expressed as [24],
µ0 N (b − a)2
,
16(a + b)
lw
Rc = ρw 2 ,
πrw
µ0 N 2 (b − a) b
Lc =
ln ,
4π
a
2
4π 0 (b + a)
Cc =
,
ln b+a
b−a
M=
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(2.25)

Figure 2.8: Rogowski coil lumped element model.
where ρw is the resistivity of the coil wire, lw is the length of the coil wire, rw is the radius
of the coil wire, and a, b are the internal and external diameter of the Rogowski coil. The
assumption here requires rw  (b − a).

2.3.1

Differentiating Rogowski Coils

Given the differentiating nature of the coil’s output voltage, a common way is use a
integrating amplifier to reconstruct the current information. The state-of-the-art commercial
product is the CWT Mini50HF series from PEM with up to 50 MHz bandwidth [25]. This is
still far from what is required from Chapter 1 and is likely limited by the amplifier’s limited
bandwidth-gain product.
Another way of doing the integration is directly record the output voltage of the coil
and then perform the integration numerically [26]. The reported bandwidth is about 225
MHz, which is usable for some of the wide-bandgap devices. Typically, this requires using
the oscilloscope for signal recording. Given (2.25), the transfer function between the current
derivative sI and the output voltage V is,
V
M RL
=
.
sI
RL + (Rc + sLc )(sRL Cc + 1)

(2.26)

Like the current transformers, Rogowski coils also cannot measure dc current. Given the
oscilloscopes’ typical dynamic range of 10 V and resolution of 9 bits at 1 GHz sample rate
(Tektronix DPO5104b), the minimum and maximum voltage that the oscilloscope can record
accurately is about 20 mV and 10 V, respectively. From the discussion in Chapter 1, the
minimum and maximum di/dt during the double pulse test of wide-bandgap devices can be
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estimated as,



di
IL
30 A
=
=
= 1 × 106 A/s,
dt
td
30 µs
  min
di
IL
30 A
=
=
= 1.67 × 1010 A/s.
dt max
tr
1.8 ns

(2.27)

The ratio of maximum and minimum di/dt means the output voltage from the Rogowski
coil is beyond the range of voltage the oscilloscope can record accurately. Therefore, the
numerical integration cannot reproduce the entire double pulse test waveform. This means
either the low frequency or high frequency bandwidth of the Rogowski coils has to be
compromised to be recorded on the oscilloscope. The most effective method to this dilemma
is to have a better analog-digital-converter with higher resolution but it is ultimately limited
by the silicon technology today.

2.3.2

Self-integrating Rogowski Coils

Another type of Rogowski coils leverages the parasitic capacitance Cc of the coil itself to
perform the integration and is therefore self-integrating. If neglecting the coil resistance Rc ,
the transfer function of the Rogowski coil in self-integrating mode is described as [27],
V
M
=
·
I
Lc
where Z0 =

q

Lc
Cc

1
RL

+

1
Z0

1
,
 √
coth jω Lc Cc

(2.28)

is the characteristic impedance of the Rogowski coil. The amplitude of the

transfer function is given by,
V
M RL
=
·r
I
Lc
1+

1

2
RL
Z02

 √
.
cot ω Lc Cc

(2.29)

2

In self-integrating mode, the gain within the measurement bandwidth is given by

max

V
M RL
=
.
I
Lc
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(2.30)

And the -3 dB bandwidth is found by solving
 p

RL2
2
·
cot
ω
L
C
c c = 1.
Z02

(2.31)

The first two solutions are the lower and higher bandwidth,

ωLF
ωHF


arctan RL /Z0
√
=
,
Lc Cc

π − arctan RL /Z0
√
=
.
Lc Cc

(2.32)

It is of interest whether the self-integrating coil can achieve the bandwidth required
by Chapter 1 . Assume a lower bandwidth of around 5 kHz and a higher bandwidth of around
500 MHz,

π − arctan RL /Z0
ωHF
 = 1 × 105 .
=
ωLF
arctan RL /Z0

(2.33)

Solve RL in terms of Z0 and solve for Lc Cc
RL
= 3.14 × 10−6 ,
Z0

(2.34)

−17

Lc Cc = 3.948 × 10

2

s.

We can already see how this leads to an impractical design. Assume the loading resistance
RL = 50 Ω when connected to the oscilloscope,
Lc = 0.100 H,

(2.35)
−16

Cc = 3.946 × 10

F.

This means if RL = 50 Ω, the Rogowski coil itself is essentially a 100 mH inductor with
less than 0.4 fF parasitic capacitance. This is near impossible to achieve! Having other values
of RL gives the same impractical values for the Rogowski coil parasitic elements as well. In
fact, it is only when RL is reduced to 10 mΩ that we can have some reasonable values of
Lc = 20.0 µH, Cc = 1.97 pF. However, for this case, assuming a relatively low sensitivity
measurement of 10 mV/A, the voltage across it is 0.3 V when measured current is 30 A. This
means the current flowing through the load resistor RL and the Rogowski coil itself is also
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30 A. In other words, the current induced in the Rogowski coil is the same as the measured
current. The previous analysis assumption that Rc can be neglected no longer holds true
at this point. The loss in the Rogowski coil will be significant enough that the previous
model is no longer valid. In conclusion, the bandwidth of self-integrating Rogowski coils are
fundamentally limited by their physical nature.

2.4

Other High Bandwidth Current Sensors

There are quite a few other current sensing technologies with commercial products
achieving more than 1 MHz. However, they are still far from capable of measuring widebandgap devices. They are listed below for completeness.

2.4.1

Magnetic Field Sensors

Magnetic field sensors are a group of sensors where the magnetic field intensity is measured
directly and then translated into current information. The magnetic field is usually weak and
therefore an amplifier is often required to increase the signal amplitude. The use of amplifier
ultimately limits the measurement bandwidth. The state-of-the-art magnetic field sensors
only have bandwidth up to 2 MHz and therefore are not suitable for wide-bandgap device
dynamic characterization. Only the basic operating principle and state-of-the-art commercial
products are listed here.
Hall effect sensor is probably the most well-know type of magnetic field sensor. The
current is measured by the fact that a voltage V is generated perpendicular to a current
~ as shown in Fig. 2.9.
carrying conductor when subjected to an external magnetic field B,
The output voltage is given by

V =

IB
,
nqd

(2.36)

where B is the magnetic field flux density, q is the electron charge and d is the Hall sensor
thickness. The state-of-the-art Hall sensor is the ACS732 from Allegro Microsystems with up
to 1 MHz bandwidth [28].
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Figure 2.9: Hall effect current sensor operating principle
Fluxgate is another type of magnetic field based current sensor which uses the hysteresis
characteristics of magnetic core materials. The function diagram of fluxgate current sensor
is shown in Fig. 2.10 [29]. The fluxgate can be essentially regarded as an extension of the
current transformer. The secondary side is driven by an amplifier and a compensation coil to
counter the flux from the primary side. The benefit of fluxgate is the potential of delaying
the core saturation and increase the current measurement range. However, because of the
use of amplifiers and controllers, the bandwidth is usually low. The state-of-the-art fluxgate
sensor is the HFA series from Kohshin Electric Corporation, which offers 1 MHz bandwidth.
Another group of magnetic field sensors is based the so-called magneto-resistance phenomena, where the electrical resistance is changed in external magnetic field. Anisotropic
magneto-resistance (AMR) effect happens in ferromagnetic materials, such as permalloy.
The state-of-art AMR sensor is the CMS3000 from Sensitec, which offers up to 2 MHz
measurement bandwidth [30]. Giant magneto-resistance (GMR) effect happens in materials
with special layered magnetic structure. The state-of-art GMR sensor is the AAV003-10E
from NVE, whose bandwidth is 100 kHz [31]. Tunneling magneto-resistance (TMR) also
happens in a layered magnetic material structure but separated with a very thin insulator in
the middle. The state-of-the-art commercial TMR sensor is the TEC series from Doway Tech,
which offer sensors with current ratings from 80 A to 150 A and a bandwidth of 200 kHz [32].
In general, the magnetic field sensor suffers from the small sensitivity and therefore
amplifiers are typically required and thus limits the bandwidth. Because of the difficulty in
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Figure 2.10: Flux gate operating principle.
magnetic shielding, external magnetic field interference means careful placement or complex
differential setup are required [33].

2.4.2

Fiber Optic Current Sensors

Fiber-optic current sensors are based on Faraday effect, where the rotation plane angle of
~ along the path,
a linear polarized light is proportional to the applied magnetic field H
Z
θ=V

~ s.
Hd~

(2.37)

where V is the Verdet constant and is a property of the medium light travels through.
The state-of-the-art fiber-optic current sensors are made by ABB and are rated between
several kilo-Amperes to mega-Amperes, while offering at least 10 kHz bandwidth [34].
A picture of the fiber optic current sensor is shown in Fig. 2.11. The bandwidth could
theoretically be much higher for lower current measurement. But they are unavailable for
lower current measurements right now because the smaller size fiber optic rings are difficult
and cost-ineffective to make [33].

2.5

Comparison and Summary

The most promising current sensor candidates for wide-bandgap semiconductor dynamic
characterization are resistive approaches, Rogowski coils and current transformers, because
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Figure 2.11: Fiber optic current sensor by ABB
the commercial products of each category provide the closest ratings to our requirements.
Closer examination of the resistive approaches shows that a promising method of achieving
lower insertion inductance is by reducing the energy rating and effectively reducing the
footprint. The use of surface mount thin film resistors in a coaxial configuration is also
promising but a better implementation, modeling and characterization is required to achieve
the requirements. The current transformers, although the bandwidth may be sufficient for
some wide-bandgap devices, are limited by the saturation characteristics of today’s core
material and therefore suffer from relatively large insertion inductance .In terms of Rogowski
coils, the physical structure nature of the coils themselves presents a dilemma between the
lower and higher bandwidth and today’s amplifier technology also limits the integrating
amplifier’s bandwidth.
Other high bandwidth current sensing methods are also briefly introduced. Their bandwidth numbers are still far from what we need for wide-bandgap devices. Potential improvements for them can come from better amplifier, higher sensitivity material or better
manufacturing capability, which is beyond the scope of this thesis.
In conclusion, the resistive measurement methods prove to be most promising in meeting
the wide-bandgap devices’ dynamic current measurement requirement. The major challenge
is how to implement the surface mount resistors in a coaxial configuration while minimizing
the physical and electrical footprint.
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Finally, the state-of-the-art current sensors are summarized in Table 2.2.
Table 2.2: State-of-the-art current sensor performance summary
Type of sensor
Coaxial shunt resistor
Surface mount resistor
Current transformer
Rogowski coil
Hall sensor
Fluxgate
AMR
GMR
TMR

Bandwidth
Dc Isolated
(MHz)
2000
Yes
No
200
Yes
No
250
No
Yes
50
No
Yes
1
Yes
Yes
1
Yes
Yes
2
Yes
Yes
0.1
Yes
Yes
0.2
Yes
Yes
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Inductance
Manufacturer
(nH)
2.2
T&M Research
0.1
N.A.
3.6
Pearson
N.A.
PEM
N.A
Allegro
N.A.
Kohshin Electric
N.A.
Sensitec
N.A.
NVE
N.A.
Doway Tech.

Chapter 3
Surface Mount Coaxial Shunt Resistor
The surface mount coaxial shunt resistor is described in detail here. The motivation
behind the concept is introduced first, and then the electrical and thermal model are built to
understand its performance. Experimental setups including the bandwidth and inductance
measurements were then built to verify its performance. Because of the relatively complex
physical structure of SMDSRs, several variants are modeled and experimentally characterized
to fully understand the performance. Finally, the surface mount coaxial shunt resistors were
compared against the commercial coaxial shunt resistors. A surprising flaw of commercial
coaxial shunt resistors was observed and special attention is advised.

3.1

Motivation and Concept

In the previous survey on the resistive measurement approaches, it is clearly shown
that the energy rating, or equivalently the transient temperature rise, of a coaxial shunt
resistor is one of the determining factors of its physical and electrical footprint. The coaxial
structure ensures even current distribution and greatly alleviates the magnetic coupling into
the measurement loop, and therefore enabling high measurement bandwidth. We have also
seen the use of surface mount resistors, whose smaller footprints help reduce the parasitic
inductance. In thin film resistors, alumina substrates can help dissipate the heat generated
by the resistive material.
The surface mount coaxial shunt resistor (SMDCSR) is essentially the combination of
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(a) Orthogonal view

(b) Top view

(c) Bottom view

Figure 3.1: Surface mount coaxial shunt resistor PCB design #1.
the two. By placing surface mount thin film resistors in a coaxial configuration, we can not
only achieve even current distribution, coupling flux cancellation, but better transient heat
dissipation as well. However, the challenge is bringing the world of coaxial structure and the
world of tiny thin film components together, especially in terms of assembly. With larger
physical size, the insertion inductance is unlikely to be satisfactory, especially less than 0.6
nH is required. An approach of doing this with printed circuit boards (PCB) is described in
detail below.

3.2

Implementation and Modeling

The 3D structure of the surface mount coaxial shunt resistor PCB is shown in Fig. 3.1.
Small surface mount resistors are inserted into the non-plated rectangular slots. The measured
current flows from the inner copper ring on the bottom side, through the resistors, to the
top side copper and then back to the bottom side copper through the vias and edge plating.
A miniature MMCX connector, is placed at the center to feed the voltage drop across the
resistors to the observing instrument, such as an oscilloscope. The whole piece is thus named
surface mount coaxial shunt resistor (SMDCSR). In this design #1, there are 10 of 0402 thin
film resistor slots. The diameter of the PCB is 12.7 mm.
The design variables for the SMDCSR include the number of resistors N , resistance value
of each resistor Ri , inner radius a, outer radius b and the length of each resistor L. Because
each terminal of a resistor must be connected to either the top or bottom side of the PCB,
the thickness of the PCB must be the same as or very close to the resistor length L.
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(a) Orthogonal view

(b) Top view

(c) Bottom view

Figure 3.2: Surface mount coaxial shunt resistor PCB design #2.
From the previous analysis of the traditional coaxial shunt resistors, it is desirable to
minimize the gap between the inner “shell” and outer “shell” (b − a) as well as the length L
to reduce the parasitic inductance. The thin film resistors should be placed as close together
as possible to achieve flux cancellation. The nature of PCB and thin film resistors results in
relatively restricted design freedom. The more complex electrical and thermal characteristics
of the SMDCSR also means difficulty in expressing the bandwidth, parasitic inductance
and energy rating in closed-form equations. Therefore, instead of deriving equations, a few
different SMDCSR configurations are modeled and characterized to understand the structure’s
capability.
Note in the design #1 shown in Fig. 3.1, the vias are not necessarily required as the edge
plating is enough for conducting the returning current. Removing the vias further shrinks
the physical size. This results in design #2 shown in Fig. 3.2. In addition to removing the
vias, the number of resistors is increase to 20. The diameter of the PCB is reduced to 8.9
mm. Notice the gap between the resistors is near the drilling capability limit of PCB process.
A total of four SMDCSR example configurations will be discussed here and are listed
in Table 3.1. The first two configurations use the PCB design #1. The difference between
them is that configuration #1 has a total resistance of 100 mΩ and configuration #2 has a
total resistance of 10 mΩ. It is the same with the last two configurations. Both of use PCB
design #2 but one has a resistance of 110 mΩ and the other 50 mΩ. From the comparison
of #1 and #2 or #3 and #4, we can evaluate the PCB designs’ parasitic inductance and
understand the energy rating’s thermal impact. And by comparing #1 and #3, the impact
of having smaller gap and better flux decoupling can be studied.
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Table 3.1: SMDCSR example configurations
Config. #
PCB Design #
R (mΩ)
No. of resistors N

3.2.1

1
1
100
10

2
3
4
1
2
2
10 110 50
10 20 20

Electrical Model

Because of the small physical size of SMDCSR, wave reflection can be disregarded and
lumped element circuit is used to describe its electrical behavior. Quasi-static electromagnetic
field simulation with Q3D Extractor is used to obtain the lumped circuit parameters from
the physical structure and to understand its performance. The Q3D models for PCB design
#1 and #2 are shown in Fig. 3.3. Each resistor is modeled as a thin resistive layer on top of
an alumina substrate. Due to the lack of exact resistor’s geometry information, including
the base contact length and laser etching pattern, the model does not necessarily mirror the
actual physical structure of SMDCSRs. Nevertheless, by varying the thickness of Nichrome
material, different configurations with different resistances can be modeled to predict roughly
their electrical characteristics.
The equivalent circuit for each configuration is exported from the analysis at 1 GHz.
The generated raw SPICE file is usually difficult to decipher and therefore it is simulated
in LTSpice with frequency sweep. The configuration #3 is used as an example and the
simulated output voltage when the input current is 1 A is shown in Fig. 3.4. It shows that
the +3 dB point is around 1.8 GHz which means configuration #3 should have a bandwidth
of around 1.8 GHz. The other simulated bandwidths of each SMDCSR configurations are
listed in Table 3.2. Comparing #1 and #3, the resistance is similar but the bandwidth is
more than doubled. It is clearly shown that having the resistors closer together increases
the bandwidth. Comparing #1 and #2, the same PCB design should have similar coupling
inductance Lm and therefore #2 with 1/10 resistance value has a bandwidth of about 1/10
of #1. The similar trend can be observed with #3 and #4, #4’s resistance is 1/2 that of #3
and so is its bandwidth.
Similarly, the parasitic inductance is also obtained in LTSpice. The parasitic inductance is
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(a) PCB design #1

(b) PCB design #2

Figure 3.3: SMDCSR Q3D models.

Table 3.2: Q3D simulated bandwidth
Config. #
Bandwidth (MHz)
Inductance (nH)

1
700
0.27
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2
3
80 1800
0.27 0.15

4
1100
0.15

-14

60

-15

50
40

-17
30
-18
20

-19

10

-20
-21
106

Phase (°)

Voltage (dBV)

-16

107

108
Frequency (Hz)

109

0
1010

Figure 3.4: Configuration #3 Q3D extracted equivalent circuit frequency sweep.
independent of the resistance value and only dependent on the flux distribution. Comparing
#1 and #3, having more resistors in parallel reduces the parasitic inductance by half. The
parasitic inductance values are all very small, less than 0.3 nH.
The electrical modeling therefore predicts the SMDCSRs will have very good electrical
performance with very low parasitic inductance and very high measurement bandwidth.

3.2.2

Thermal Model

The transient temperature rise translates into resistance change during the measurement
and therefore measurement uncertainty. Taking the substrate and PCB into account, COMSOL is utilized to model the transient temperature rise. The models in COMSOL for both
PCB design #1 and #2 are shown in Fig. 3.5. Similar to the electrical model, each resistor is
modeled as a thin Nichrome layer on an alumina substrate. However, only the PCB FR4
substrate is modeled and no copper layers are included. Theoretically, the copper layers and
solder joints should help further dissipate the heat. Therefore, the model here means the
temperature rise will be conservatively higher than reality.
The transient temperature rise is highly dependent on the heat source profile. Consider
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(a) PCB design #1

(b) PCB design #2

Figure 3.5: COMSOL SMDCSR thermal model.
the same amount of thermal energy applied to the SMDCSR, having it all dissipated in a
very short period of time means the transient temperature rise is likely concentrated within
the resistive material which means higher temperature rise. On the other hand, if the energy
is slowly dissipated over a very long period of time, the temperature distribution is likely
to be more even across the entire SMDCSR and therefore results in lower temperature rise.
Therefore, it is critical to have a reasonable and conservative heat source profile for the
COMSOL simulation.
In Chapter 1 and Chapter 2, the transient energy for 30 A is only 1.5 mJ and the total
current conduction duration is around 30 µs. The current in the resistor ramps up linearly
with time, which means the heat source power ramps up quadratically with time. For
R = 0.1 Ω, the peak heat power is 90 W. Conservatively, the heat source in the simulation is
a constant 250 W and it is applied on the resistive material for 80 µs. This results in a total
dissipated energy of 20 mJ, which more than 10 times higher energy rating than the required.
At t = 6 µs, the dissipated energy is already 1.5 mJ, which is significantly shorter than 30 µs.
Therefore, the transient temperature rise from COMSOL should be much larger than reality.
The maximum temperature rise for different SMDCSR configurations are shown in Table 3.3.
Note the temperature rise is also independent of the resistance. This is because the resistive
materials are very thin that the heat is dissipated to the alumina substrate. The thermal
mass of the resistive material does not matter too much here. Comparing #1 and #3, more
than twice as much decrease in maximum temperature rise is observed. This is the result of
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Table 3.3: COMSOL SMDCSR transient temperature rise simulation

°

Config. #
Max temperature rise C
Measurement uncertainty

1
45.0
0.90%

2
43.6
0.87%

3
18.3
0.37%

4
18.1
0.36%

having a larger overall contact area with the alumina substrate and therefore more heat is
dissipated in the substrate.
Given the commercial thin film resistor with Nichrome material has a thermal drift
coefficient of k = 200 ppm/K [35], the measurement uncertainty can be calculated by k · ∆T .
In all four configurations, the measurement uncertainty due to the transient temperature rise
is less than 1%, with #3 and #4 achieves less than 0.4%. Considering that this is achieved
with a heat source profile of 20 mJ over 80 µs, which is significantly higher and faster than
what is typical in double pulse test, this means the SMDCSR’s meansurement uncertainty
due to the transient temperature rise is conservatively less than 1.0% for #1 and #2, and
less than 0.4% for #3 and #4.

3.3

Experimental Verification

Before experimental verification, the assembly process of SMDCSR is described . Because
of the unconventional mounting method of the thin film resistors, the assembly procedure is
quite tricky. The assembly procedure is listed below for documentation.
1. Place each surface mount resistor inside the PCB;
2. Solder each of the resistor terminals on the bottom of the PCB and make sure not to
use too much solder;
3. Plug the MMCX connector in the center and solder the joints at the bottom;
4. Without soldering the top side terminals, mount the SMDCSR onto the double pulse
test PCB (the extruding MMCX pins should help with the alignment);
5. Place SMDCSR and double pulse test PCB under a heat gun, melt the solder joints
on the bottom to make connection with the double pulse test PCB, make sure all the
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resistors are not only connected to the SMDCSR PCB but the double pulse test PCB
as well;
6. Solder the top side terminals of the SMDCSR and solder the edge-plating with the
double pulse test board, fill the vias for extra connection if necessary.
The bandwidth, insertion inductance and temperature variation of the SMDCSR prototypes are experimentally characterized to verify their performance.

3.3.1

Bandwidth Measurement

A common way to characterize the measurement bandwidth of coaxial shunt resistors or
other resistive current measurement methods is apply a well-defined current source, usually of
a step nature, through it and compare the measured voltage against the known current source
waveform. An example is to connect it in series with a resistive load in a half-bridge [21].
The switch node voltage can be easily measured, from which the current flowing through
the coaxial shunt resistor and the load resistor can be derived. However, the bandwidth of
coaxial shunt resistors can be up to 2 GHz which requires a rise/fall time of less than 0.18
ns. Although wide-bandgap devices are fast, the power devices are not nearly fast enough to
create 0.18 ns edge.
On the other hand, commercial network analyzers can easily characterize components
beyond 100 GHz and retain accuracy for attenuation down to -100 dB [36]. The network
analyzer directly measures the s-parameters of an electrical circuit by differentiating the
incident wave and reflected wave with directional coupler.
Given the resistive sensor equivalent circuit in Fig. 2.1, its ABCD matrix can be readily
expressed as,
A=1+

jω (Li − Lm )
,
R + jωLm

B = jωLi ,
C = −1,
D=

1
.
R + jωLm
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(3.1)

And the s-parameters can obtained from the ABCD matrix,
A + B/Z0 − C/Z0 − D
,
A + B/Z0 + CZ0 + D
2 (AD − BC)
=
,
A + B/Z0 + CZ0 + D
2
=
,
A + B/Z0 + CZ0 + D
−A + B/Z0 − CZ0 + D
=
,
A + B/Z0 + CZ0 + D

S11 =
S12
S21
S22

(3.2)

where Z0 is the termination impedance and typically Z0 = 50 Ω.
Therefore, the transfer response S21 of a resistive measurement is given by,

S21 =

2 (R + jωLm )

.
m
jω (Li − Lm ) 1 + R+jωL
+
2
(R
+
jωL
)
+
Z
m
0
Z0


(3.3)

Assuming jω(Li − Lm )  Z0 and |R + jωLm |  Z0 , it can be simplified as,

S21 =

2Gvi
2 (R + jωLm )
=
.
Z0
Z0

(3.4)

This means the transfer response S21 from the network analyzer has a linear relationship
with the transfer function in (2.1). For example, an ideal 0.1 Ω coaxial shunt resistor will
have a flat -47.96 dB transfer response. Because the measurement requires a continuous 50 Ω
transmission line to avoid any wave reflection, dedicated microstrip line fixtures are required.
The measurement fixtures are shown in Fig. 3.6.
The bandwidth measurements for the four SMDCSR examples are shown in Fig. 3.7. The
measurement results confirms the resistive current sensor model (2.1). The transfer response
increases at a rate of +20 dB/decade at higher frequencies. The bandwidth of each SMDCSR
configuration can be obtained by reading the +3 dB point from their low frequency gain.
The bandwidth measurement results are listed in Table 3.4. Generally, the measured results
matches the model in Q3D. The variation from the model is probably because the variations
in the assembly process. Because of design tolerances, each rectangular slot in the PCB is
in fact slightly larger than the thin film resistors. During the assembly process, the thin
film resistors could rotate a bit in each rectangular slot. This results in possibilities that,
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(a) PCB #1

(b) PCB #2

Figure 3.6: SMDCSR bandwidth measuerment fixtures.
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Table 3.4: SMDCSR configuration bandwidth measurement results
Config. #
Bandwidth (MHz)

1
528

2
125

3
2230

4
1630

instead of a perfect coaxial placement, the gaps between resistors are not even. Another
possible reason for the difference is the model is not created accurately. For example, in the
Q3D models, instead of perfectly aligned resistor to PCB copper connection, the Nichrome is
partly intersected with the copper, this results in change in the overall resistance in the model.
Furthermore, the Q3D models assume a relatively ideal structure for the resistors. In reality,
the base contact, laser trimming could further complicates the actual resistor structure.
In general, however, #1, #3 and #4 meets the bandwidth requirements set in chapter 1.
As for #2, the bandwidth is lower mainly due to its lower resistance. With a resistance of 10
mΩ, the #2 is better suited for measuring higher current devices, which would require lower
bandwidth.
Interestingly, although the resistance of #2 is 1/10 of #1 and it is expected the same
SMDCSR PCB design results in the same coupling inductance, the bandwidth of #2 is only
1/5 not 1/10 of #1. Upon closer examination, it is found that the 0.1 Ω thin film resistive
material in #2 is deposited on both sides of the resistors. In the case of #1, there is only
resistive material on one side. Having resistive materials on both sides of the resistors means
there is equivalently two inner “shells”, which could help further reduce the coupling flux.

3.3.2

Ambient Temperature Impact

Although the COMSOL transient temperature rise simulation shows that the measurement
uncertainty should be small enough to guarantee a high precision measurement, the relatively
large thermal drift of Nichrome means the resistance would change when the ambient
temperature changes. This is observed when putting the bandwidth measurement setup
into the temperature chamber. The same configuration #1 is continuously measured as the

°

°

temperature in the chamber changes from -150 C to +150 C. The S21 measurement results
of configuration #1 are shown in Fig. 3.8. Compared with previous measurement results, a
lot more resonant peaks can be observed, especially beyond 500 MHz. This is because of
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Figure 3.7: SMDCSR bandwidth measurement with network analyzer.
the resonance between the test setup and the grounded metal temperature chamber. Once
moved outside of the temperature chamber, the resonant peaks disappear. Another thing to

°

°

notice the change in the low frequency gain. From -150 C to +150 C, the low frequency gain
changes from -48.7 dB to -48.2 dB, which translates into 6% change in resistance. This is inline
with the thermal drift coefficient of k = 200 ppm/K. Although the measurement uncertainty
is less than 1% at a given temperature, it is recommended to measure the resistance at each
application temperature and use this value at this specific temperature for high precision and
wide temperature range measurement applications.

3.3.3

Parasitic Inductance Measurement

The parasitic inductance of SMDCSR is measured directly with an impedance analyzer.
An impedance probe is directly connected to the previous network analyzer fixtures and the
impedance of the SMDCSRs can be readily obtained. Typically, the impedance analyzer
requires careful open and short calibration before accurate measurement results can be
obtained. The open calibration is performed by only attaching the microtrip line strip with
nothing on it to the impedance probe. The short calibration is performed by shorting the
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Figure 3.8: Ambient temperature impact on S21 .
SMDCSR footprint with a copper foil, as shown in Fig. 3.9.
Only #1 and #3 are shown here because of their different PCB designs. #2 and #4
should have similar parasitic inductance as #1 or #3. The measurement results are shown
in Fig. 3.10. The inductance of a commercial coaxial shunt resistor from T&M Research is
also measured and compared. The inductance from the commercial coaxial shunt resistor
is about 2.2 nH, which matches that from literature [9]. The parasitic inductance of #1 is
only about 0.22 nH, which is 1/10 that of the commercial coaxial shunt resistor. Compared
to #1, #3 has twice as many resistors in parallel and therefore has about half the parasitic
inductance. The measured parasitic inductance is about 0.12 nH. Note the inductance
measurement in SMDCSRs is not as smooth as that from the commercial coaxial shunt
resistor. This is because of the very low parasitic inductance and the measurement noise
interference. Therefore, in addition to the high bandwidth, the SMDCSRs also have little
parasitic inductance, making them even more appealing for wide-bandgap devices dynamic
characterization.
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Figure 3.9: Impedance analyzer short compensation with SMDCSR fixture.

Figure 3.10: SMDCSR inductance measurements.
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(a) Bare power stage without
current sensor

(b) Power stage with integrated SMDCSR

(c) Power stage with standalone SMDCSR

Figure 3.11: Insertion inductance measurement setup.

3.3.4

Insertion Inductance Measurement

The total insertion inductance includes not only the parasitic inductance of the SMDCSR
itself, but also the extra inductance due to the extra power loop area. For a more thorough
measurement of the insertion inductance, three different double pulse test power stages are
designed with GS66518T GaN HFETs and are shown in Fig. 3.11. The bare power stage
offers the baseline for the power loop inductance. Because the SMDCSR uses PCB as part of
its structure, it can be easily embedded into the power stage. An integrated SMDCSR power
stage is also shown in Fig. 3.11. Finally, another power stage with a standalone SMDCSR
is also compared. Because there is no current sensor in the bare power stage, its voltage
measurement vds is used as the reference point. Both the integrated and standalone SMDCSR
uses 10 of 1 Ω 0402 thin film resistors. The larger footprint SMDCSR configuration #1 is
used for the standalone one as a worst case analysis.
The captured experimental waveforms Vds and ids of the device switching at 400 V and
30 A is shown in Fig. 3.12. The devices are switched on and off with a relatively small gate
resistance of 2.2 Ω. Very little difference between the three power stage can be observed.
The initial voltage drop during the current rising period in the turn-on transient is a direct
indication of overall power loop inductance [12]. The very small different between the
waveforms shows the insertion inductance by SMDCSR is minimal. The voltage difference
during the initial voltage drop is around 7 V. The integrated and standalone power stage have
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near identical waveforms, therefore their insertion inductance is similar. The total insertion
inductance can be estimated by

Li =

∆V
7
=
= 0.53 nH.
di/dt
(42.8 − 37.5)/0.4

(3.5)

Therefore, although a relatively large extra power loop area is introduced by the SMDCSR
configuration #1, the total insertion inductance is only 0.53 nH.

3.4

Comparison with Commercial Coaxial Shunt Resistor

Commercial coaxial shunt resistors have been widely used and often treated as the golden
standard when it comes to high frequency bandwidth measurement. Numerous work have
been using it as a reference to verify their own current sensor [21], [26], [37]. However,
its bandwidth performance hasn’t been well reported except the claimed up to 2 GHz on
the product page [17]. They are put into the same bandwidth measurement setup and
suprising results that they do not achieve the claimed bandwidth and have large variations
between samples are observed. A compensation method is then presented using the network
analyzer measurement results to fix the over-amplified current signal. The same compensation
method can also be applied for current waveform validity check for any other resistive current
measurement.

3.4.1

Bandwidth Measurement

A dedicated measurement fixture is designed for the commercial coaxial shunt resistor and
is shown in Fig. 3.13. A total of five commercial coaxial shunt resistor samples are measured
and they are labeled in Fig. 3.14. They are all the same SSDN-414-10 series. Their resistance
are all around 100 mΩ and the claimed bandwidth is 2 GHz. The S21 measurement results
are shown in Fig. 3.15.
Surprisingly, the measured bandwidth varies among the samples and the highest +3 dB
point is only around 150 MHz, while the lowest is around 50 MHz. Note the +20 dB/decade
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(a) Turn-on waveforms

(b) Turn-off waveforms

Figure 3.12: Insertion inductance double pulse test waveforms comparison.
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Figure 3.13: Network analyzer measurement fixture for commercial coaxial shunt resistor.

Figure 3.14: Five commercial coaxial shunt resistor samples.
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Figure 3.15: Commercial coaxial shunt resistor S21 measurement results.
increasing behavior matches our model in (2.1) up until around 1 GHz. This means their
bandwidth is not limited by the skin effect but by the coupling inductance Lm instead. The
transfer response S21 then starts to oscillate at higher frequencies. This is because one of
the previous assumptions jω (Li − Lm )  Z0 no longer holds true at 1 GHz, given their
parasitic inductance is around 2.2 nH [9]. The transfer response S21 then falls back to the
more complicated (3.3). The measurement results clearly show that the five coaxial shunt
resistors samples fail to achieve complete flux decoupling. Moreover, the large discrepancy
between samples means the mutual inductance Lm also varies tremendously between samples.

3.4.2

Double Pulse Test Comparison

The suprising bandwidth measurement result is further verified by putting the five coaxial
shunt resistor samples in a double pulse test. GS66508T GaN HFETs are used as the
switching devices. The experimental setup is shown in Fig. 3.16
Both the SMDCSR and the commercial coaxial shunt resistor are mounted on the bottom
side. They are connected in series in the circuit. The devices are switched at 400 V dc link
voltage and 20 A load current. All five commercial coaxial shunt resistor samples are tested
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(a) Top view

(b) Bottom view

Figure 3.16: SMDCSR and commercial coaxial shunt resistor double pulse test comparison.
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Table 3.5: Comparison between commercial coaxial shunt resistors and SMDCSR
Sample
SMDCSR
CSR #1
CSR #2
CSR #3
CSR #4
CSR #5

Bandwidth
(MHz)
528
147.6
144.8
113.8
62.4
49.2

Rise time
(ns)
5.98
5.96
6.04
5.85
5.44
5.44

Distortion
+0%
-0.3%
+1.0%
-2.2%
-9.0%
-9.0%

Max current
(A)
37.1
41.5
41.7
42.6
47.9
50.7

Distortion

Eon Distortion

+0%
+9.8%
+10.3%
+12.7%
+26.7%
+34.1%

+0%
+3.91%
+4.34%
+4.69%
+8.38%
+8.88%

and the switching conditions are kept the same. The measured current waveforms are shown
in Fig. 3.17. Again, significant discrepancies can be observed between the commercial coaxial
shunt resistors themselves and against the SMDCSR. When swapping the commercial coaxial
shunt resistors, the current waveforms from the SMDCSR remain the same.
A lot higher oscillation magnitude can be observed from the commercial coaxial shunt
resistors. The bandwidth from network analyzer measurements and rise time in double pulse
tests are listed in Table 3.5. All five commercial coaxial shunt resistor measurements deviate
at 10% in terms of maximum current while the lowest bandwidth #5 deviate 34.1%. The
deviation in terms of rise time between 5% to 95% of the current peak is lower but still
significant. In the worst case, the measured rise time is 9% faster. This means significant
measurement errors will be introduced by the commercial coaxial shunt resistors due to the
lower bandwidth. The turn-on energy loss measurement in the worst case is about 8.88%.
Considering the relatively large parasitic inductance and therefore even larger insertion
inductance, the measurement validity with faster wide-bandgap devices from the coaxial
shunt resistors is questionable. Therefore, strong caution should be used when applying the
commercial coaxial shunt resistors. As a reference, the oscillation frequency in the current
waveforms is around 147 MHz.

3.4.3

Compensation Method

The dominant feature of the resistive current sensors’ frequency response is the higher
frequency components are amplified due to the coupling flux. Therefore, unlike cases where
the signal is attenuated below the noise floor, it is possible to recover the “real” current from
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Figure 3.17: Double pulse test waveforms comparison.
the measurement. In the frequency domain, the measured current im (jω) can be written as
the multiplication of the “real” current ir (jω) and the current sensor’s transfer function.

im (jω) = ir (jω) ·

G(jω)
.
R

(3.6)

Therefore, the “real” current ir (t) can be reconstructed with Fourier transform [33],
1
ir (t) = · F −1
R



F(im (t))
G(jω)


.

(3.7)

The transfer function G(jω) = R + jωLm can be readily obtained from the network
analyzer measurement results as shown before. The numerical processing can be readily
performed with any numerical software package such as MATLAB. The “real” current ir (t)
waveforms after applying this post-processing technique on the commercial coaxial shunt
resistors’ measurements are shown in Fig. 3.18. The original waveform from SMDCSR is
also plotted for reference. The results are much more consistent and similar to that from
the SMDCSR. There is still some minor difference between the waveforms. This is likly due
to the reading error of the +3 dB points in the transfer response S21 and consequently the
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Figure 3.18: Double pulse test waveforms comparison after compensation on commercial
coaxial shunt resistor .
error in obtaining the G(jω). Another source of problem is the measurement noise in the
double pulse test. Nevertheless, the current rise time and maximum current are a lot more
consistent and the resulting switching time and switching energy information can be made
more accurate. This also means the measurement from SMDCSR is trustworthy and the
resistive measurement model (2.1) is accurate. The compensation method therefore offers a
remedy for the commercial coaxial shunt resistors. However, the measurement uncertainty is
expected to suffer from this extra numerical processing.

3.4.4

Current Waveform Validity Check

In fact, the compensation method can also be utilized to verify the measurement from
SMDCSR or any other resistive current sensor. In (3.7), ir (t) = im (t) means the resistive
current sensor G(jω) introduces little or no interference to the current waveform’s frequency
content. This is applied on the SMDCSR’s measurement and the comparison between the
original and the compensated waveforms is shown in Fig. 3.19. There is little difference
between them and this implies the SMDCSR’s bandwidth is high enough for this double
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Figure 3.19: SMDCSR current wavefom validity check.
pulse test setup.
In Chapter 1, a current sensor measurement bandwidth guideline is provided but the
actual bandwidth requirement is usually difficult to predict because of the switching transients’
complex nature. It is recommended to apply the compensation method on the measurement
waveform after experiments to verify whether the bandwidth is enough and the measurement
is valid.

3.5

Summary

The surface mount coaxial shunt resistor (SMDCSR) is described in detail. Experimental
characterization show the implementation can achieve very high bandwidth of up to 2 GHz
and very low parasitic inductance of less than 0.2 nH. Several design configurations are also
demonstrated to reveal the implementation’s capability with different configurations. In
conclusion, the SMDCSR is well suited for wide-bandgap devices’ dynamic characterization.
The comparison with commercial coaxial shunt resistors shows surprising results that the
commercial coaxial shunt resistor bandwidth is a lot lower than expected. A compensation
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method is described here, which leverages the network analyzer’s measured model information.
The compensation method can help alleviate the lower than expected bandwidth of commercial
shunt resistors. It is also recommended for other resistive current sensors as well to validate
the measurement results.
In conclusion, compared to the commercial coaxial shunt resistors, SMDCSRs offer more
than 10x higher bandwidth with less than 1/10 the parasitic inductance. Meeting the
requirements from Chapter 1, SMDCSRs therefore prove to be an appealing current sensing
method for wide-bandgap devices.
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Chapter 4
Conclusions and Future Work
This thesis systematically discussed the dynamic current measurement issue for widebandgap semiconductors. The dynamic current measurement requirements in terms of
bandwidth, dissipated energy and insertion inductance are derived from their switching
behavior. Different devices can have drastically different requirements. Typically, for 650
V/30 A GaN HFET GS66508T, the bandwidth should be greater than 500 MHz. The
dissipated energy requirement in a resistive measurement is usually no more than 1.5 mJ,
while the total insertion inductance should be no more than 0.6 nH.
The state-of-the-art high bandwidth current measurement methods are then reviewed to
understand their intrinsic limitations towards meeting the previous requirements. Rogowski
coils and current transformers are limited either by their structure or material properties.
Resistive current measurements are the most promising, especially coaxial shunt resistors. The
challenge is reducing the physical and electrical footprint while maintaining high measurement
bandwidth as well as low measurement uncertainty.
The SMDCSR achieved these goals by combining the coaxial structure and thin film
resistors in a very small package. Very high bandwidth of up to 2 GHz can be achieved while
keeping the parasitic inductance below 0.2 nH. The transient temperature rise is also kept
low to ensure the measurement uncertainty is below 1%.
In order to directly measure the bandwidth of SMDCSR, dedicated fixtures were designed
to leverage network analyzers’ high frequency measurement capability. From the derivation of
s-parameters, it turns out the resistive sensor’s transfer gain is proportional to the transfer gain
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S21 . This offers the theoretical basis for directly measuring the resistive sensor’s bandwidth
up to several GHz.
The measurement setup is also used to characterize commercial coaxial shunt resistors’
bandwidth performance. Surprisingly, the measured bandwidth is much lower than the
rated value and great discrepancy is observed between samples of the commercial coaxial
shunt resistors. Therefore, special attention should be taken when applying them in the
dynamic current measurement of wide-bandgap devices. As a hot-fix for the lower than
expected bandwidth, a post-processing technique using the measured model information
from the network analyzer is introduced and can help compensate for the lower bandwidth.
Nevertheless, the extra post-processing step complicates the measurement process and
deteriorates the measurement uncertainty since extra measurement information is required.
The same post-processing method is also recommended for all resistive measurement methods
for validity check.
In conclusion, the structure and implementation of SMDCSR offers the dynamic characterization of wide-bandgap devices a more accurate current measurement approach. The
same technique could be utilized in other scenarios where high bandwidth and low electrical
footprint is necessary. Future work could involve further increasing the bandwidth by placing
the resistors more closely together and using thin film resistors with resistive layer on both
sides; reducing the insertion inductance by using even smaller resistors; improving the measurement uncertainty due to the transient temperature rise by employing thin film resistors
made of materials with lower thermal drift; and finally improving the assembly process to
make it more ready for mass production and user-friendly.
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